Abstract-A novel fully on-chip antenna based on a metasurface fabricated in a 180-nm BiCMOS process is presented. Inspired by the concept of high impedance surface (HIS), this metasurface is not used as a reflector below an antenna as commonly done. Instead, it is used as a radiator by itself. The extremely thin metasurface is composed of a patterned top two metal layers and the ground plane placed in the lowest metal layer in the process. The ground plane on the lowest metal layer of the process provides a solid shielding from the substrate and other possible circuitries. The fundamental of the antenna radiation and design are described. The measured antenna shows 2.5 dBi peak broadside gain with 8-GHz 3-dB gain bandwidth and an impedance bandwidth larger than 10 GHz. In its class of broadside radiating fully on-chip antennas, with a ground plane on the lower metal layer of the process, and without additional fabrication processing, this structure achieves the widest impedance bandwidth at W-band and one of the highest gain and gain bandwidth. It is noteworthy that this is achieved with an extremely thin antenna substrate thickness and a shielding ground plane.
I. INTRODUCTION
T HE aggressive transistor scaling and advances in fabrication process are the main driving forces of unprecedented growth in wireless technology in the last two decades. Traditionally, different modules of a wireless system are separately fabricated using different technologies to achieve the best system performance. For example, the baseband circuits are mostly realized in CMOS process while the power amplifiers are implemented in III-V compound semiconductor technologies. Moreover, planar antennas, used in personal wireless devices, are mostly fabricated on printed circuit board (PCB) type of substrate, e.g., Duroid and FR4. This type of integration thus involves multiple chip packaging and requires a relatively large area for the whole system. To alleviate this issue, system-inpackage solutions have been examined to reduce the system form factor. However, the antenna, usually the largest component of the system, is still developed outside of the package. At millimeter-wave (mm-wave) frequencies, when the antenna's form factor is in the order of several millimeters, new integration techniques including antenna in package (AIP) and on-chip antenna (OCA) are becoming feasible. In [1] , a 60-GHz folded dipole antenna built on fused silica substrate was integrated together with a transmitter chipset inside a package. A short interconnection between the chipset and the antenna feed line was realized by flipping the antenna substrate such that the feed line touches the bond pad on the die directly. Antennas designed on package substrates usually show good radiation performance in terms of radiation efficiency and gain. In [2] , an 11.5-dBi broadside gain was achieved from a 2 2 small patch array utilizing wirebond as the interconnection between the die and the feed line of the off-chip antenna. Although chip-to-chip interconnections (e.g., wirebond) show low insertion loss at mm-wave frequencies below 100 GHz their performance still suffers from fabrication tolerance including misalignment and deviations from desired length and shapes [3] , which could be a detrimental factor at sub-mm-wave frequencies. In addition, the assembly requires specialized processes which would increase the cost.
Meanwhile, aided by advances in silicon technologies, the OCA has triggered a considerable interest, as it allows the ultimate on-die integration of the entire wireless transceiver, eliminating the need for any off-chip interconnection. Despite lower gain and efficiency compared to antennas in package, which has been recognized as having more potentials for 60-GHz application [1] , OCAs offer the much smaller feed line interconnection losses, which could be a substantial advantage for higher frequencies, including sub-mm-wave systems. However, designing a high gain and high efficiency OCA is very challenging for several reasons [4] : i) because of the high permittivity and low resistivity of the silicon or SiGe substrate, an on-chip antenna with silicon substrate will lose much of its power inside the substrate, thereby resulting in low radiation efficiency and low gain; ii) more importantly, although a very wide input bandwidth could be achieved, because of its high permittivity, using silicon as substrate makes the antenna gain and radiation pattern susceptible to the size of the substrate as in [5] . Possible electromagnetic interference might also occur due to the coupling from the adjacent passives. This is due to the surface wave(s) excited inside the silicon substrate and the reflections that occur at the die edges. For an array of OCAs such as in [6] , nonuniform radiation patterns from array elements could degrade the beam scanning accuracy and may even tilt the main beam direction.
Therefore, for a robust OCA design, a metallic layer to shield the antenna from the silicon substrate is desired. This can be Fig. 1 . Two different stack-up schemes to use an AMC in CMOS process: (a) the ground plane is below silicon and the wave penetrates the substrate; (b) extremely thin (10 m) AMC with the ground plane on the lowest metal layer (M1) providing shielding from the silicon substrate. In this paper we provide a novel design that does not have the antenna over the AMC.
achieved by placing a ground plane at the lowest metal layer M1, such that the extremely thin silicon dioxide layer acts as the antenna substrate. However, because of the extremely thin thickness of silicon dioxide (i.e., less than 1% of the wavelength in silicon dioxide), the antenna bandwidth is, in general, very narrow. In [7] , an elliptical slot antenna with a ground plane at M1 shows a 3.9% impedance bandwidth around 94 GHz. In [8] , a slot antenna at top metal layer backed with a cavity using M1 shows a 6 GHz (4.3%) bandwidth at 140 GHz according to full wave simulations.
Recently, artificial magnetic conductor (AMC) or high-impedance surface (HIS) types of metasurface have been utilized for the OCA design [9] - [11] . Realized in the interlayers of the metal stack-up in silicon, these periodic structures act as reflection planes below the antenna to improve the antenna bandwidth and gain. The ground plane of these metasurfaces is placed below the lossy silicon, as shown in Fig. 1(a) , to ensure the typical zero-degree phase crossing property typical of AMCs [12] - [14] . However, if the ground plane is placed on the bottom metal layer, i.e., M1, while the periodic structure is placed in the metal interlayers between top and bottom layer as shown in Fig. 1(b) , the zero-phase crossing will not mostly occur and the metasurface will not exhibit high-impedance property. This detrimental effect is mostly due to excessive ohmic losses in the metasurface, as explained in [12] , when the metasurface substrate becomes extremely thin as in this case when the ground is on M1. Therefore, it is very challenging to realize an AMC on the top metal layer of a silicon process with the ground plane at M1.
When the ground plane of metasurface is below the silicon substrate, as in Fig. 1(a) , the OCA performance suffers from the excitation of surface wave(s) in the silicon substrate, leading to impairments such as losses, coupling, and higher sensitivity of antenna performance on the die's dimensions). It is worth mentioning that planar electromagnetic bandgap (EBG) structures, such as the mushroom geometry [13] , can provide a stop-band for surface waves propagating inside the substrate. However, bandgap structures typically require the periodic structure to be connected to the ground plane with vias, to interact with the vertical electric field of the TM surface waves [13] . In the recent years, the through-silicon-vias (TSVs) has become available in customized CMOS technologies, and could meet the demand discussed above. However, in most standard processes, TSVs are still not available. Furthermore, at mm-wave frequencies the silicon substrate is rather thick in terms of the wavelength and hence full stop bands are rather difficult to be realized without additional die back-grinding.
In this paper, instead of using the metasurface as a high-impedance reflection surface below a radiating antenna, the metasurface is directly used as a radiator, without any dipole above it. It is important to note that the antenna ground plane in our design is placed on M1 to completely shield the wave propagating into the lossy silicon. Although the antenna is built on a very thin silicon dioxide substrate (i.e., a total thickness of 10 m, around 0.6% of the wavelength inside S O ), an 8-GHz 3-dB gain-bandwidth and an input bandwidth larger than 10 GHz has been achieved at 94 GHz with a proper feeding and matching network. This is, to the best of our knowledge, the largest impedance bandwidth achieved for a single-feed W-band (Bi)CMOS on-chip antenna built inside a silicon chip when there is a full antenna ground plane on M1. This work demonstrates the thinnest metasurface-inspired antenna with a thickness less than one percent of the wavelength.
This paper starts with a brief discussion on the possibility of realizing an on-chip HIS using two different metasurface configurations in Fig. 1 . Next, in Section III, the design of the novel fully on-chip metasurface antenna (without a dipole above it) is detailed including the description of the leaky mode inside the metasurface, which has been proven as the radiation mechanism of this antenna. Section IV presents the design of an on-chip miniature size balun used to feed the proposed antenna. Section V presents the experimental results including the input reflection, broadside gain, radiation patterns for the metasurface antenna, and the -parameters for the balun.
II. ON-CHIP METASURFACE AS A REFLECTOR
In [14] , the metasurface composed of the dogbone shape elements was placed below a folded dipole antenna as an AMC to boost the antenna gain by 7 dB compared to a perfect electric conductor (PEC) ground, at 5.5 GHz. According to [15] , this type of dogbone shape metasurface shows a couple of design advantages over other type of metasurfaces: i) it is fully planar and no via is required and ii) the resonant frequency is easily estimated by an electro-and magnetic static model simply from its geometrical parameters as long as the metasurface substrate is thin enough such that the fringing field effect and the coupling between adjacent dogbones could be neglected. The geometric parameters of single dogbone element used in this paper are shown in Fig. 2 .
In [10] , the metasurface made by dogbone shape elements was employed in an on-chip dipole-antenna design in a BiCMOS technology to enhance the antenna radiation at 94 GHz, assuming a ground plane below the silicon, as in Fig. 1(a) . In Fig. 3 , we show the cross-sectional view of the BiCMOS process with six metal layers and with a 275 m thick, low resistivity silicon substrate. The unused metal layers will be filled with silicon dioxide. The simulated magnitude and phase of the plane wave reflection coefficient ( ) of a metasurface made up of a dogbone using HFSS, a full wave finite element method (FEM) based simulation tool, are shown in Fig. 4(a) . The simulation is conducted for normal incidence and electric field polarized along the main direction of the dogbone, i.e., the -axis. It can be seen that at the resonance frequency (approximately 94 GHz), the zero-phase crossing occurs while the magnitude of reaches its minimum, around 9 dB. It is because at the resonant frequency, the current on the dogbone reaches the peak value as the ohmic losses reach its peak value. Similarly, in [9] , an AMC made by a "snowflake" shape of periodic structures was shown to increase the gain of an on-chip loop antenna. However, both designs employ a ground plane below the silicon. Without an effective control of the surface waves inside the silicon substrate, several potential drawbacks may occur including strong electromagnetic interference (EMI) between OCA and other chip RF components [16] , In addition, the antenna performance is vulnerable to the substrate dimension as demonstrated in [5] .
Indeed, we have considered the configuration to place the ground plane on M1 (the lowest metal layer) and design the antenna and metasurfaces using the top five metal layers as shown in Fig. 1(b) . Fig. 4 shows the magnitude and phase of the reflection coefficient of plane wave normal incidence over metasurface designed on the same BiCMOS process when the ground plane is on M1. The dogbone elements are placed on M5 while leaving top metal layer M6 free for possible location of a radiating antenna as shown in Fig. 1(b) . Note that in this paper we use a metasurface with array of dogbones on M6 acting as a radiating antenna itself without any dipole on top. It can be observed that when the frequency increases, the phase of decreases but this trend is reversed at 93 GHz where the phase starts to grow. At the resonant frequency ( 94 GHz), the reflection coefficient shows a phase of 180 degrees, which means the metasurface acts as an electric conductor rather than a magnetic conductor, since the latter requires a phase close to zero. In other words, the metasurface does not exhibit a high impedance. It is well known that placing a dipole very close to a PEC will result in a very low radiation efficiency due to the image dipole radiating with opposite phase [17] - [20] . In [12] , a threshold condition for a metasurface to exhibit AMC properties was proposed. According to the discussion in [12] , large ohmic losses make the AMC threshold condition fail, i.e., the metasurface cannot act as an HIS or as an AMC. We conclude that when using the metasurface as a reflection plane, with a dipole located on its top, each configuration in Fig. 1 possesses some negative characteristics which may jeopardize its suitability in aiding OCA design in silicon. Despite this limitation in the next section we propose a novel idea for fully on-chip antennas based on metasurfaces, with the ground plane on M1, leading to an extremely thin antenna.
III. HIGH-IMPEDANCE SURFACE ANTENNA WITHOUT DIPOLE ON TOP
Instead of using the metasurface as reflection plane as traditionally done [17] - [20] , it has been conceptually shown in [21] that the metasurface can be used as a radiator itself, without any dipole above it. That first conceptual idea was based on using a Duroid-type substrate and operating at microwave frequencies. The antenna thickness was around 4% of the free space wavelengths (around 6% of the wavelengths in the dielectric). In this paper, that concept is extended and further developed to design and implement an on-chip antenna with its accompanying matching network at mm-wave frequencies, including fabrication and experimental results. Without a dipole on the top, the dogbones in the proposed metasurface-antenna design are placed on M6, the most top metal layer with the ground plane at the bottom layer (M1). Results will be further optimized using both M5 and M6 for the dogbones, as explained later in this paper. This results in an extremely thin thickness for the fully on-chip antenna equal to 0.27% of the free space wavelength and around 0.5% (i.e., 1/200) of the wavelength in the dielectric, making this possibly the thinnest metasurface antenna ever fabricated. This section starts by explaining the radiation mechanism and ways of improving the antenna performance. It will then go through the complete design of the metasurface antenna. Finally, the effects of the metasurface size on the antenna gain performance will be discussed.
A. Mode Analysis
The in-plane modal analysis in [22] shows that a metasurface made by a periodic array of dogbone shaped conductors over a ground plane is able to support a TM "improper" leaky mode in the -direction at a frequency range close to the magnetic resonance. Recall that an improper leaky wave decays along the -direction and grows exponentially in the direction. This is usually the typical forward wave used in a leaky wave antenna [22] , [23] . Indeed, the study in [22] was focused on the anti-symmetric mode supported by an array of paired and tightly coupled dogbone conductors, as in [15] . However, because of symmetry, those results are analogous to the case studied here: an array of dogbones over a conductor. In the following, we show that the radiation mechanism of the on-chip metasurface antenna is analyzed in terms of a TM leaky wave excited in the metasurface, propagating along the -direction, as shown in Fig. 5 . The full wave simulation is conducted using the finiteelement-method provided by HFSS for six dogbone elements on M6 along the -direction, assuming the periodic boundary condition along the -direction. The dogbone element at the beginning of the row is excited by a lump port at its edge (as in- dicated in Fig. 5 ). The dimensions of the dogbones are as in the one used in Fig. 4(b) , with the only difference that the dogbones are now placed on M6.
The field over the "chain" of dogbones in Fig. 5 , excited at one end, is sampled 2 m below the central bar of each dogbone, once per unit cell in the -direction with period A, at m, where is the element number (in this case, m). The plot of the -component of the electric field versus dogbone element number ( ) is shown in Fig. 6 . As it can be seen, for the four frequencies specified in Fig. 6 the field is decaying exponentially in the first several elements, as is typically the case for a leaky wave. As discussed in [21] , the leaky mode is dominant in the first few dogbone elements close to the excitation, and away from it the so called "spatial field" term starts to play a major role, since the leaky wave itself becomes too weak. For more information about the excitation of leaky waves and spatial field terms in periodic structures, see [24] - [26] . Results in Fig. 6 show that the decay depends on the frequency. The phase variation of the field, evaluated at the same sample locations along the -direction, is shown in Fig. 7 , for a few frequencies close to the one of interest (94 GHz). The phase variation is more or less linear with the element number.
Therefore, as shown in Fig. 6 the field is highly dominated by a single leaky mode excited at the edge of the dogbone chain. Accordingly, every electric field component at the sampled points is expressed by (1) Fig. 8 . Attenuation ( ) and phase constant ( ) of the leaky wave along the -direction, which is dominant in the first four dogbone elements. They are normalized with respect to the free space wave number.
in which is the period of the dogbones along , is the field at the sample point closest to the excitation, and and correspond to the attenuation and phase constants of the leaky mode. By curve-fitting for the first four dogbone elements from the excitation (i.e., ), and are retrieved. Their values, normalized by the free space wavenumber , are plotted in Fig. 8 . The phase constant of the leaky mode is smaller than that of the free space wavenumber below 97 GHz, implying that this mode is in the fast-wave region and hence radiating. The attenuation constant ( ) decreases as the frequency increases, whereas the phase constant ( ) shows the opposite trend. At 94 GHz, , which has been indicated as the optimum condition for leaky wave radiation in the broadside direction [27] . Note that this is not a "standard" leaky wave antenna as the attenuation constant is not small, i.e., we are not exploiting leaky waves to create a large radiating aperture to form a highly directive antenna. Indeed, in a highly directive leaky wave antenna, the leaky mode would dominate the field on a very wide antenna aperture. Instead, here we expect that the spatial wave may also contribute to the total radiation [21] , and the leaky mode is attenuating with , and therefore cannot cover a large aperture, though it is still radiating because . According to the full wave simulation, the phase of the reflection of a plane wave normally incident over the metasurface does not exhibit zero-phase crossing, similarly to what was shown in Fig. 4(b) . However, the magnetic resonance still appears, associated with currents flowing in opposite directions on the dogbone and the ground plane [15] , [28] . The absence of zero-phase reflection is attributed to ohmic losses as explained previously in [12] .
It is known that close to the magnetic resonant frequency, there are strong ohmic losses on the dogbone due to the resonant current excited on the central part of dogbone and on the ground plane. Indeed, considering the dogbone over the ground plane, and assuming a current flowing on the central part (assumed a uniform current in the direction, for simplicity) connecting the two capacitors at the ends, the total ohmic loss in the dogbone conductor is where the resistance of the dogbone is approximately given by . An analogous resistance contribution associated with the current flowing over the ground plane should also be added. Therefore, to reduce the ohmic loss on the dogbone, a wider width of the dogbone central bar (i.e., a larger ) is desirable. However, a wider dogbone central bar implies also a smaller inductance according to the discussion in [15] since the inductance associated with a single dogbone's unit cell, comprising the dogbone and the ground plane, is given by . The magnetic resonant frequency is approximately estimated by , where is the effective capacitor representing the two capacitance effects at the edges of the dogbone shown in Fig. 9 . The effective capacitor is mainly contributed by i) the capacitance between the two dogbone arms and the ground plane, and ii) the capacitive coupling between two adjacent dogbones in the -direction, when they are very close (gaps of the same order of ). A smaller resistance (by increasing ) implies a smaller inductance that will push the resonance to higher frequency. To compensate for this, in order to keep the same resonant frequency, the effective capacitor should be increased. For instance one could increase the size of the dogbone "arms" ( ). However, it would be preferable to keep a small size dogbone. Therefore, in this paper to increase the effective capacitance, we stack and combine two metal layers (M5 and M6) to form the dogbone arms such that the distance to the ground plane is smaller. In the layout, the dogbone arms at M5 and M6 are connected with array of 2 m 2 m vias with the period of 4 m in both and axis. Furthermore, to increase the , the dogbones are put close to each other in order to increase the capacitive coupling between the adjacent elements.
Within a total area limit, the design rule of the single dogbone element dimension is based on keeping the magnetic resonance around 94 GHz, while choosing as large as possible to decrease losses. The final optimized dimensions for the dogbones, which occupy both M5 and M6 as in Fig. 9 , are m, m, m, m. m, and m.
B. Metasurface Antenna Design
Fig . 10 shows the micrograph of the fabricated metasurface antenna made by a 3 4 array of dogbones with the unit cell dimensions provided at the end of Section III-A. As shown in Fig. 10 , the two center rows of the dogbone are connected with metals bars to enhance antenna gain according to full wave simulations. A differential twin line is used to feed the antenna at the end of the two center rows of dogbone array. 11 shows the simulated broadside gain for the proposed metasurface antenna made of a 3 4 array of dogbones. The dogbone array is fed by a differential mode from a waveguide port in the HFSS simulation. Two cases are considered: an array of dogbones on two metal layers (M5 and M6 as shown in Fig. 9 ), and the array of dogbone placed only on M6. When using array of dogbones on two metal layers, the dimension of the dogbones are the ones specified at the end of Section III-A. For the case of the metasurface realized only on a single metal layer (M6), the dimension of the dogbones are the ones used in Fig. 4(b) . It is noteworthy that although the dogbones are placed on M5 for the results shown in Fig. 4(b) , moving the dogbone with the same dimension from M5 to M6 does not change the resonant frequency, which is approximately independent of the metasurface thickness ( ) as described in [15] . Comparing gain results for these two cases, it is observed that using two metal layers for each dogbone (M5 and M6 as in Fig. 9 ) improves the gain by 2 dB at the center frequency (94 GHz), as expected simply because the overall loss is lowered in this case.
For the purpose of the antenna measurement, a W-band balun is used to convert the single-ended signal associated with the W-band G-S-G probe to a balanced on-die differential signal. Also, an impedance matching network comprised of twin line and capacitors is designed between the metasurface antenna and balun (see Fig. 10 ).
The final geometry and the size of the dogbone array on M6, including the balun is shown in Fig. 10 . The ground plane under the dogbone array on M1 at each edge is 100 m and 150 m larger than the dogbone array in -and -direction, respectively, making an area of 2.2 mm 1.6 mm. Due to the extremely thin thickness of this metasurface, surface waves travelling along the silicon dioxide substrate carry very little power and therefore other dimensions of the finite size ground plane underneath the M6 dogbone layer would have little effect on the antenna gain. Indeed, according to the full wave simulations, as long as the length and width of the ground plane on M1 is 30 m larger than that of the dogbone array on M6 (to collect all the fringe capacitance effects), there is literally no change in the antenna performance with increased size of the ground plane. This attribute is considered to be advantageous compared to other OCA design which uses ground plane below the silicon substrate, i.e., the OCA design in [5] . Furthermore, it is important to note that a full ground plane on M1 provides shielding to the silicon-based substrate under M1.
To satisfy the metal density rule, an array of 5 m 5 m dummy fills are placed on all the metallic part of the antenna, on both the ground plane on M1 and the dogbones on M5 and M6. The dummy fills are also applied to other components mentioned in this paper, including the balun and microstrip line. It should be noted that due to the large memory requirements dummy holes and vias have not been included in the full wave simulations. For simulation purposes, the array of vias between M5 and M6 is replaced by bulk metal.
C. Effect of Metasurface Array Size on Antenna Gain and Directivity
This section investigates the effect of the number of metasurface elements on the antenna gain. Simulations were conducted for metasurfaces with different numbers of array elements: 4 3 (the fabricated one), and 4 2, 6 2 and 6 3. For all these array sizes, the same twin line is used to feed the metasurface, and the ground plane on M1 is chosen as 100 m larger than the dogbone array at each edge.
In Table I , the broadside directivity and gain for four different metasurface dimensions are compared. It is observed that the larger array size results in higher the antenna gain and directivity, although the amount of gain increase could be very small. Fig. 12 shows the broadside gain versus frequencies for different array sizes. It is interesting to see that the peak of the broadside gain always occurs around 94 GHz, despite the array dimension, since the dogbone elements are kept identical in all cases. This is an important consideration in the design. Indeed, this is explained by noticing that the magnetic resonance frequency of the dogbone metasurface is very close to the leaky mode frequency in the metasurface as shown in [22] . Furthermore, one should note that the leaky mode is responsible for the antenna radiation, especially considering the optimum condition in Fig. 8 [27] . This represents simplicity in the design: the peak gain frequency of the proposed antenna could be estimated accurately by investigating the resonance frequency of a single element, which could be simply extracted by full wave simulations using periodic boundary conditions. It should also be noted that the radiation efficiency is low mainly due to the ohmic losses on the metals because of the extremely thin antenna substrate thickness.
An array size of 4 3 was chosen for the fabrication, which accounts for a tradeoff between the antenna gain and total area. It is noteworthy that decreasing the array size to 4 2, saving almost one-third of the die area compared to the 4 3 array, only lowers the antenna gain for 1 dB, which could also be considered in future designs. For an OCA design that is constrained to a smaller chip area, a smaller array size of 4 2 dogbones also provides a reasonable compromised solution.
IV. MINIATURE-SIZED MARCHAND BALUN
As described in Section III-B, the proposed antenna requires differential feeding. To obtain a differential signal from a singleended probe, a balun is to be designed. A Marchand balun [29] composed of two quarter wavelength couple lines is designed and developed for this design. The Marchand balun has been used for wide bandwidth designs at RF and microwave frequencies [30] , [31] . In [32] , the Marchand balun was also implemented in (Bi)CMOS technology at 60 GHz. Different techniques to miniaturize the dimension of the Marchand balun have been investigated in [31] , [33] , and [34] . Fig. 13 shows the top view of the Marchand balun designed using meander shaped couple line, referring the idea in [33] . The Meander-shape couple line replaces straight couple line and greatly shrinks the profile of the balun. Both the top half and bottom half of the couple lines are in the length of a quarter wavelength. The gap between the coupled lines is 2 m. The mitered corners are used for bending the couple line while minimizing the insertion loss at the bends. The locations of the two differential outputs are shifted a certain distance away from the center to achieve a near-perfect 180 degree out of phase difference between the two outputs. The total area of the balun is 140 m 200 m. Fig. 14 shows the simulated input reflection and transmission to two output modes, one differential mode and one common mode of the balun. It can be observed that the designed balun performs well in the whole W-band, from 70 GHz to 110 GHz, with below dB input reflection, lower than dB transmission to common mode output. The average insertion loss of the balun over W-band is around 1.5 dB. The balun is characterized experimentally in the next section.
V. MEASUREMENT RESULTS

A. -Parameters Characterization
For on-chip antenna measurement, one of the detrimental factors which will degrade the measurement accuracy is the possible electromagnetic interference (EMI) between the measuring probe and the antenna due to the proximity between them, as shown in [5] . To alleviate possible EMI for on-chip antenna measurement, a back-feeding scheme could be used for in-package antenna measurement as in [35] and [36] . However, due to the difficulty in having TSVs in commercial (Bi)CMOS processes, it is not straightforward to feed the OCA from the back-side of the radiating chip. To mitigate this issue, we consider separating the antenna and the measuring probe with a rather long on-chip feed line. In the present characterization, we have used a 2.5-mm-long microstrip line between the probe pad and the input of the balun. To accurately characterize the insertion loss, another 2.5-mm-long microstrip line is fabricated on the same die, and its measured and simulated results are shown in the Appendix, leading to an insertion loss of 3 dB.
To characterize the performance of the balun using singleended probes, a back-to-back configuration made of two identical baluns is fabricated and the micrograph is shown in Fig. 15 . Fig. 16 shows the simulated and measured input reflection and transmission of the two back-to-back baluns. It can be observed that the measured results match well with the simulated ones, except for approximately 1 dB higher insertion loss. This result is consistent with the long microstrip line measurement shown in Appendix. Considering the symmetry, the measured insertion loss of a single balun is around 1.5 dB.
The differential input impedance of the metasurface before the feed twin line is shown in Fig. 17(a) . Without any matching circuit, the metasurface shows a relatively flat input resistance and reactance in the frequency range between 90 GHz to 102 GHz, which implies a wide input bandwidth after proper matching. The matching circuit is shown in Fig. 17(b) . The antenna matching network comprises a 230 m long twin line ( ) and two finger capacitors (22 fF) in series with each line. When the matching network is connected in between the metasurface and the balun, the parameters of the matching network were optimized to achieve a largest possible impedance bandwidth at the input of the balun. The antenna input reflection is measured at the input of a 2.5-mm-long microstrip line. Fig. 18 shows the comparison between the simulated and measured antenna input reflection ( ) from three separate antenna samples at the input of long microstrip line. The measured results for the three samples are consistent. The simulated dB input bandwidth covers a wide frequency range between 90 and 102.5 GHz. The measured shows a certain discrepancy with the simulated one, especially in the frequency range between 95 to 110 GHz. This could be due to several reasons, including:
i) The full wave simulation does not include the dummy holes or the vias between M5 and M6. This affects the current flowing along the dogbone and the ground plane.
If one considers the current flowing on the dogbone arms, because of the holes and the vias, the current flowing on the top surface of M6 could partially travel into the surfaces below, including the bottom surface of M6 and even the top and bottom surface of the M5. The metal layers M5, M6 and the vias in between shares similar thickness around 2 m. Although the effect could be trivial in a short distance, the total effect could be summed up, and could thus play a strong effect since the antenna has a length ( -direction) longer than one (the guided wavelength of microstrip line on silicon dioxide substrate). ii) Possible variations in the thickness of metal layers and dielectric layers as stressed in [7] . Considering the thickness between M5 and the ground plane on M1 is less than 6 m, a possible variation of m in any layer thickness would result in a relatively large deviation in the antenna substrate thickness. iii) Variations in the material properties (dielectric permittivity and conductor conductivity) at mm-wave frequencies compared to microwave frequencies. Nevertheless, since the measured between 90 and 102.5 GHz are all below or close to dB, the deviation between simulation and measurement are reasonably small from the quantity point of view. To mitigate the deviation in the future work, it is desired to perform numerical simulations with fine details and have more accurate material electrical properties.
B. Antenna Gain and Radiation Pattern
The same equipment setup and calibration scheme as described in [5] is used to measure the radiation property of the metasurface antenna. The OCA is measured in the receiving mode by receiving radiation from the transmitting W-band calibrated horn antenna which is fed by a frequency multiplier. The antenna gain is calculated as (2) in which all the terms given are in dB scale: and are the power received at the spectrum analyzer when using the antenna under test (AUT) and an additional calibrated horn as receiving antennas, respectively, with gain (24 dBi at 94 GHz). Furthermore, is the total insertion loss including that from the probe (1 dB), the balun (1.5 dB), the 2.5-mm-long microstrip feed line (3 dB) and an estimated transition loss between probe tip and the on-chip CPW (0.5 dB), with a total loss of 6 dB. To suppress the reflection due to the presence of metallic objects close to the antenna, thin mm-wave absorbers are used to surround the antenna, and also to cover the wafer chuck and probe-head as shown in Fig. 19 . In Fig. 20 , the measured broadside gain, indicated by dashed line, is obtained by averaging the measured data from three distinct gain measurements. The measured results show good correlation in the 3-dB gain bandwidth of the antenna with the full wave simulation. The peak gain is around dBi in the frequency range between 92 to 95 GHz. The 3 dB gain bandwidth is around 8 GHz, from 89 GHz to 97 GHz. Considering the difficulties in measuring the fields on the metallic probe station and also considering the variety of calibration required for the measurement, the accuracy of the measurement is estimated as dB. Table II shows a comprehensive list of recent published work on single-feed mm-wave and Terahertz (THz) CMOS and BiCMOS fully on-chip antennas, radiating at the broadside direction, with a ground plane at the lower metal layer. Therefore for all these antennas, the substrate is extremely thin and the radiating zone is shielded from the lossy silicon substrate. Compared with other work, our proposed antenna shows the highest gain at W-band, and the widest relative impedance bandwidth achieved so far among all the shown designs at mm-wave and THz. It should be mentioned that when the frequency increases, and hence the substrate becomes electrically thicker, our proposed antenna has the potential to achieve even wider relative bandwidth and gain. Similarly, the improvement in terms of gain and bandwidth can be obtained also at W-band when considering other fabrication processes that allow substrate thickness larger than the one considered here (10 m).
The normalized measured radiation patterns of the antenna at three different frequencies, including 94, 91.5 and 96.5 GHz in both -and -plane are shown in Fig. 20 . Each measured pattern is compared against a simulated one. Due to the presence of certain obstacles in the probe station, the pattern measurement cannot be carried out in the complete -and -planes (see also [5] ). In the -plane, the measurement was done over only one quadrant and the range is limited by 40 degrees from the broadside direction. In the -plane, the limit was 12 degrees in one quadrant and 50 degrees in the other quadrant. The pattern measurement was repeated twice in each plane and the curves shown are based on the averaging these two measured results. Measured patterns and simulated ones have similar trends. The ripple of the measured radiation pattern is possibly due to the interference between the probe and the AUT during measurement (see also [5] ). 
VI. CONCLUSION
It is known that for silicon based on-chip antenna designs, the presence of ground plane on the bottom metal layer (M1) usually causes low efficiency and very narrow bandwidth. Despite that, we have proposed the design of a fully on-chip antenna with a full ground plane on the bottom metal layer, inspired by previous studies on high impedance surfaces, that exhibits the great performance in terms of gain-bandwidth product at W-band for this class of antennas radiating at broadside. The presence of the metal ground plane on M1 is important to prevent leakage into the substrate and render the antenna performance independent of the die size because of its shielding. Having an on-chip antenna radiating at broadside, as in this paper, without the ground on M1 results in unstable radiation performance. This would occur even if the substrate is ground and a metal is placed underneath because of the strong coupling between antenna and the high permittivity substrate. It is also true that with off-chip components, placed above the chip, the antenna gain could be improved, even significantly. Examples include using lenses [37] , placing dielectric resonators [38] , [39] , or superstrate [7] on top of the chip and feeding those with an on-chip launcher. Although the performance (efficiency and bandwidth) of these hybrid solutions are, in general, better than that of fully on-chip antennas, these techniques require additional processes, which may increase the cost and design complexity. On the contrary, the proposed fully on-chip antenna has been designed in a silicon process with no additional post-fabrication processing. At sub-mm-wave frequencies, it is expected that even better performance could be achieved by the proposed design due to the wavelength shrinkage. APPENDIX Fig. 22 shows the micrograph of a 2.5-mm-long microstrip line with two ends connected to two bond pads. The bond pads are as those used in [5] . The parasitic capacitance of the bond pad is compensated with a shunt stub to achieve a stable impedance of 50 at the input of the microstrip line over a wide frequency band (70-110 GHz).
The simulated, including the bond pads, and measured input reflection and transmission of the 2.5-mm-long microstrip line are compared in Fig. 23 , providing a good agreement. For the insertion loss ( ), there is an average 1 dB-1.8 dB deviation between the simulation and the measurement. The deviation stems from the fact that i) the electrical properties of the materials at mm-wave frequencies are a bit different from those provided by the foundry (used in the simulations) that are typically obtained below 10 GHz; and ii) possible wave leakage into silicon substrate and variation to metal conductivity could exist due to the existence of the dummy holes, thereby creating slightly higher losses in the long microstrip line.
